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Abstract— This paper proposes a design approach for a
broadband and high efficiency continuous inverse Class-F (CCF-1)
power amplifier (PA) based on a modified elliptic low-pass
filtering (LPF) matching network (MN). From theoretical and
practical perspectives, the importance of a swift impedance
transition from the higher end of the fundamental frequency band
to the lower end of the second harmonic band is discussed, when
designing a broadband, single-mode PA. After being compared
with widely used Chebyshev LPF MNs, a modified elliptic LPF
MN, which provides a sharp roll-off, is utilized to provide the
required rapid transition. A step-by-step design procedure of the
proposed modified elliptic LPF MN is presented. Experimental
results show that a high efficiency CCF-1 PA is realized from 1.35
to 2.5 GHz (fractional bandwidth = 60%) with measured drain
efficiency of 68%-82% and output power of 41.1-42.5 dBm. When
stimulated by a 20-MHz LTE signal with an average output power
of approximately 34.5 dBm, the proposed PA, combined with
digital pre-distortion, achieved adjacent channel leakage ratios
below -45 dBc, with average efficiency ranging from 37% to
45.8%. Similar performance is measured when the proposed PA is
driven by a dual-band, dual-mode modulated signal with a
100-MHz instantaneous bandwidth at a center frequency of 2.14
GHz.
Index Terms— Broadband amplifiers, digital predistortion
(DPD), high efficiency, low-pass matching network, power
amplifier (PA), wideband microwave amplifiers.
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I. INTRODUCTION

HE consistent demands for high performance and high data
rates, with reduced cost and power consumption, impose
significant challenges in radio frequency (RF) power amplifier
(PA) design for wireless communications. The Class-J PA, first
presented by Cripps [1], offers a wide range of high
performance solutions that can be obtained over a wide
bandwidth by allowing a reactive component at the
fundamental and reactive terminations at the harmonics [2].
This principle was then extended to both the Class-F and
inverse Class-F modes [3]-[6], in the form of the continuous
Class-F (CCF) and continuous inverse Class-F (CCF-1) modes,
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respectively. The advantage of such advanced PA modes is that
high efficiency amplifications can be achieved across wide
bandwidth
because
stringent
harmonic
impedance
requirements are alleviated.
In practice, realization of these modes requires proper
matching at both the fundamental and the harmonics. To date,
many impedance matching techniques have been thoroughly
explored. In particular, multistage, low-pass topologies are
often utilized for this task [7]-[15]. For instance, a synthesized
Chebyshev low-pass filtering (LPF) matching network (MN)
based on series transmission-lines and open-circuit stubs were
used in a highly efficient broadband Class-E PA [8]. In [14], the
simplified frequency technique was employed to design a
broadband CCF PA implemented with commensurate
stepped-impedance transmission-line. Nevertheless, such
broadband matching techniques run into difficulty when the
bandwidth of interest approaches an octave. In principle, the
desired fundamental and second harmonic impedances are
normally located in different regions of the Smith chart. In a
wideband design, e.g., for an octave bandwidth, however, the
highest frequency of the desired band (fH) will be very close to
the second harmonic of the lowest frequency of the band (2fL).
If traditional matching techniques are employed, the impedance
values at fH and 2fL will be similar because of the smooth
transitions in the roll off region, which violates the load
impedance requirement for the CCF or CCF-1 modes, and thus
the system performance is degraded.
To resolve the aforementioned issue, in this paper, the
characteristics of elliptic low-pass filters [16] is proposed to be
explored in the design of the output matching network (OMN)
for a CCF-1 PA. The proposed OMN could offer rapid transition
from fH to 2fL and thus simultaneously obtain optimum
matching at the fundamental and the second harmonic. The
concept is first introduced in comparison with the conventional
Chebyshev low-pass filters. A synthesized approach for
microstrip realization of the modified elliptic LPF MN is
presented, starting from a lumped-elements prototype. For the
purpose of validation, a broadband and highly-efficient PA
operating in the CCF-1 mode is designed, implemented, and
measured.
This paper is organized as follows. Section II analyzes the
theoretical impedance distribution of the CCF-1 PA mode,
revealing the importance of swift transition between fH and 2fL
for bandwidth extension, and finally proposes to employ the
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characteristics of an elliptic low-pass filter as a promising
solution. In Section III, after identifying the optimum
fundamental and second harmonic loads in both theoretical and
experimental ways, the comprehensive design procedure of the
proposed modified elliptic LPF OMN is described in detail. In
Section IV, the proposed PA is tested with a continuous-wave
(CW) signal, revealing greater than 68% drain efficiency (DE),
with at least 41.1 dBm of output power from 1.35 GHz to 2.5
GHz. Moreover, the potential of the proposed PA, when
combined with digital pre-distortion (DPD) techniques, to
linearly amplify modulated signals under various scenarios is
validated at different frequencies in the section. Conclusions
are presented in Section V.

II. BROADBAND OUTPUT MATCHING NETWORK FOR
CONTINUOUS INVERSE CLASS-F PAS
A. Standard Continuous Inverse Class-F PA Mode
The standard CCF-1 PA mode, which originates from the
inverse Class-F PA mode, presents a half-wave rectified
sinusoidal voltage waveform v(θ) at the intrinsic
current-generator plane of the device [6]:
v    1 
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cos  
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2

,

Fig. 1. Theoretical fundamental, second harmonic, and third harmonic
impedance of CCF-1 PA mode.

(1)

while the current waveform i(θ) is no longer rigorously
restrained to a square waveform but includes a set of variations
dependent upon the parameter  [5],
i     iDC  i1 cos  i3 cos3   1   sin  

(2)

where iDC=0.37, i1=0.43, and i3=0.06. The fundamental, the
second and the third harmonic loads of the CCF-1 PA can be
expressed in the form of admittance as

Y1,CCF 1  Gopt 2i1  jGopt 2iDC 

Fig. 2. Expected frequency response of a broadband CCF-1 PA.

(3)

Y2,CCF 1   jGopt 2i1  i3 

(4)

Y3,CCF 1  

(5)

where Gopt=1/Ropt=0.5·Imax/(VDC-Vknee) and  is used to tune the
voltage and current waveforms at different frequencies over a
desired bandwidth. As illustrated in Fig. 1, the fundamental
impedance is located towards the center of the Smith chart
while the second harmonic impedance is on the edge of Smith
chart and the third harmonic presents a short circuit.
B. Bandwidth of the Continuous Inverse Class-F PA Mode
Although the CCF-1 mode can enable highly-efficient
amplification over a wide bandwidth, it encounters difficulties
in maintaining this mode when the bandwidth of interest grows

towards an octave, representing a fractional bandwidth of 66%.
Fig. 2 demonstrates the frequency band distribution of a
broadband CCF-1 PA. Let’s assume the fundamental band
ranges from fL to fH, which results in a second harmonic zone
from 2fL to 2fH. If the bandwidth of the fundamental band is
defined as BW, and that of the transition band between the
fundamental band and the second harmonic band as TBW, the
following equations are obtained,
BW  f H  f L

(6)

TBW  2 f L  f H

(7)

Clearly, it can be seen that any increment of BW would
necessarily result in the decrease of TBW since their sum is
fixed.
For a CCF-1 PA, the fundamental admittance cannot be equal
to the second harmonic admittance, because (3) contains a real
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Fig. 3. LC prototype of a 6th-order elliptic low-pass filter.

Fig. 5. Theoretical fundamental, second harmonic, and third harmonic
impedance at the intrinsic current generator plane and the package plane.

Fig. 4. Frequency response comparison between elliptic low-pass filter and
Chebyshev low-pass filter with the same filter order of 6.

part while (4) does not. For a passive MN, it is impossible to
transform a load to two different admittances at a single
frequency point. Hence, to maintain the CCF-1 mode, TBW
must be greater than zero and be minimized as much as possible
to maximize the bandwidth BW. To do so, an OMN that can
have a dramatic change in impedance in the transition region is
in demand so that a sudden conversion can be made to move the
impedance from the inner region to the edge of the Smith chart.
In practice, however, it is difficult to design such OMNs. For
instance, the widely used Chebyshev LPF MNs [8]-[10] are
capable of providing accurate fundamental matching over wide
bandwidth and purely reactive termination at harmonics but
they require a large TBW because the transition from passband
to stopband is gradual, which limits the bandwidth extension.
C. Elliptic Low-Pass Filter
The elliptic low-pass filter, also known as an elliptic-function
low-pass filter, is characterized by a passband ripple of equal
amplitude as well as a stopband ripple of equal amplitude [16].
An elliptic filter is capable of providing attenuation poles at
specific frequencies which brings a very sharp rate of cutoff.
The generation of attenuation poles can be obtained by
introducing series-resonant branches connected in shunt that
short out transmission at the resonant frequencies. In Fig. 3, the

prototype of a 6th-order elliptic filter which is composed of
inductors and capacitors is displayed. In comparison with other
types of low-pass filters, e.g., Chebyshev filters, elliptic filters
offer a faster transition from the passband to the stopband, as
illustrated in Fig. 4. Furthermore, the influence of the passband
ripples is negligible because their amplitudes are too small to
significantly affect the fundamental impedance seen by the
device. Similarly, ripples in the stopband have little impact
because the magnitude of loss is very large. In summary, the
characteristics of elliptic low-pass filters largely satisfy the
requirements discussed above for designing a broadband OMN
that has a fast transition between the passband and stopband. In
this work, an elliptic filter structure is proposed to be employed
as the OMN for the CCF-1 PA.

III. DESIGN OF BROADBAND CONTINUOUS INVERSE CLASS-F
PAS BASED ON MODIFIED ELLIPTIC LOW-PASS FILTERING
MATCHING NETWORK
A. Optimum Load Impedance Analysis
In this work, our objective is to design a high efficiency
(>70%) and high output power (>41 dBm) PA from 1.4 GHz to
2.5 GHz. As a result, a 10 W GaN HEMT from Cree
(CGH40010F) was picked. Following the analysis of Section II,
the desired fundamental and harmonic load impedances at the
intrinsic current generator plane were determined, as shown in
Fig. 5 with black dotted lines and pentagram. Since there is no
need to explore the whole range of , it was settled in the range
from 0 to 1, which represents the upper half of the theoretical
fundamental
impedance
range.
Subsequently,
the
corresponding second harmonic impedance is located in the
lower half of the Smith chart.
When dealing with a realistic packaged transistor, the
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(a)

(b)
Fig. 6. Merged output power and efficiency contours (efficiency≥70%,
output power≥41dBm) for fundamental impedance extracted from the
load-pull simulation, and optimum region for second harmonic impedance
(efficiency degradation less than 2%).

theoretical impedance at the intrinsic current generator plane
should be converted to that at the package plane. By employing
the approximate parasitic model extracted from [17], the
fundamental impedance at the package plane from 1.4 to 2.5
GHz with a step of 100 MHz can be assessed, as displayed in
Fig. 5. It can be observed that, with the rise of frequency, the
fundamental impedance trajectories are represented by a set of
colored curves slowly moving to the left side with a
counterclockwise rotation. Meanwhile, the optimum second
harmonic impedance at the package plane is located at the top
right margin of the Smith chart. Moreover, the third harmonic
impedance holds a reactance that roughly ranges from -15 Ω to
-5 Ω.
Because the analysis presented above was based on theory
and the approximate parasitic model, its deviation from the real
device must be examined so as to eliminate any possible
inaccuracy. Thus, to validate the effectiveness of the theoretical
impedance derivation and to further improve performance,
load-pull simulations with a large signal model of the same
device were carried out in ADS2013, as illustrated in Fig. 6. It
was found that the optimum fundamental and second harmonic
impedance obtained from simulation approximately matched
those derived from theory, while the third harmonic impedance
shows trivial influence. Hence, by ignoring the third harmonic
impedance, the design of the OMN is simplified to the
fundamental and the second harmonic matching.

Fig. 7. LC prototypes. (a) Prototype of Chebyshev LPF MN. (b) Prototype of
modified elliptic LPF MN.

set at fp = 2fL = 2.8 GHz. In fact, using more attenuation poles
can further suppress the second harmonic, but it will increase
the design complexity.
The standard elliptic low-pass filter does not provide an
impedance transformation. In this work, a synthesis
methodology to design a modified elliptic LPF MN that is
capable of providing the desired impedance transformation is
presented in the following. The design procedure includes three
main steps as described below.
Firstly, according to the required impedance transformation
ratio and fractional bandwidth, a real-to-complex Chebyshev
LPF MN can be generated and optimized by utilizing the
process illustrated in [8], as shown in Fig. 7(a).
Secondly, the first shunt capacitor C1,CH in the Chebyshev
LPF MN is replaced with a series-resonant branch, shown in
Fig 7(b). This particular resonator is responsible for the
generation of the attenuation pole fp. In addition, this resonator
is expected to show similar behavior as the capacitor C1,CH does
at the cutoff frequency fH. Thus, L4,EL and C1,EL in the modified
elliptic LPF MN can be determined by fp, fH and C1,CH
L4, EL 

C1, EL

B. Realization of Broadband Modified Elliptic Low-Pass
Filtering Matching Network
So far, the topology and the target impedance of the OMN
have been determined. The next step is the realization. In this
design, the swift transition is only required between fH and 2fL,
which can be satisfied by using only one attenuation pole that is

1
2
C1,CH   2 f p   2 f H








(8)



2



2
   2 f H 2 
 C1,CH
2
 2 f p 

 2 f
p

 

(9)

The values of the other lumped elements can be obtained via
post-optimization to achieve the in-band matching without
affecting the predetermined attenuation pole.
Fig. 8(a) demonstrates the frequency response of the
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Fig. 9. Layout of modified elliptic LPF OMN.

(a)

(b)
Fig. 8. Comparison between modified elliptic and Chebyshev LPF MNs. (a)
Forward transfer function S21 and input return loss S11. (b) Impedance
trajectories from the fundamental to the third harmonic.

high-impedance microstrip lines and low-impedance microstrip
lines, respectively. Since the width of microstrip line is
correlated with its characteristic impedance, which had already
been selected according to the feasibility and convenience of
implementation, the corresponding physical length of each
element can be solved. Furthermore, to achieve a more accurate
design, compensations are necessary for unwanted effects
introduced by the microstrip lines and discontinuities according
to [18]. For instance, regarding capacitive element Ci,
influences from its adjacent inductive elements Lleft and Lright
should be taken into account for the correction. Inductive
elements are treated in a similar manner. Generally speaking,
the corrected physical lengths of those microstrip elements
should satisfy the following equations at the cutoff frequency fH
2 f H Ci 

 2 lC
1
i
sin 
 gC
Z Ci
i


  lL

1
left

tan 
 ZL
 gLleft
left




proposed MN and the Chebyshev MN, in terms of forward
transfer functions S21 and input return losses S11. As can be seen,
the elliptic MN provides a sudden drop in S21 at 2.6 GHz, which
corresponds to the attenuation pole, while the S21 of the
Chebyshev MN has a smooth roll-off. On the other hand, the
S11 of the former does not show significant degradation
compared with that of the latter. The impedance trajectories
from the fundamental to the third harmonic of the elliptic LPF
MN and the Chebyshev LPF MN are displayed in Fig. 8(b). As
expected, the fundamental impedance of the modified elliptic
LPF MN is appropriately allocated and largely overlapped with
that of the latter. More importantly, the second harmonic
impedance of the former is kept to the side of Smith chart,
while the latter can’t do the same at the lower end of the second
harmonic. It indicates that the proposed MN can realize the
desired swift impedance transition from fH to 2fL while the
Chebyshev MN cannot.
Finally, when all the lumped elements are determined, the
transformation to distributed elements can be undertaken as
follows. In this design, a Taconic RF35 substrate with a relative
dielectric constant of 3.5 and a thickness of 1.52 mm was
chosen for the microstrip realization. Those lumped elements
were converted by replacing inductors and capacitors with

 2 lL
i
2 f H Li  Z Li sin 
 gL
i


1
Z Lright

  lL
right
tan 
 gLright


  lC

left
  Z Cleft tan 

 gCleft


 Z Cright






(10)

.








  lC
right
tan 
 gCright


(11)

.



where ZCi and ZLi are the characteristic impedance of the
conductive and inductive elements, and λgCi and λgLi are the
corresponding guided wavelength.
By following the procedure described above, a broadband
OMN based on the modified elliptic LPF MN was designed and
realized with microstrip, as displayed in Fig. 9. Fig. 10
demonstrates the simulated impedance presented by the
proposed OMN at the package plane and the intrinsic current
generator plane. As can be seen from Fig. 10(a), the
fundamental impedance lies inside the optimum region
acquired from the load-pull, while the second harmonic
impedance spreads at the top edge of Smith chart, which meets
the requirement shown in Fig. 6. It can be found from Fig. 10(b)
that both the fundamental and the second harmonic impedances
largely overlap with the corresponding theoretical impedances
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(a)

Fig. 11. Layout of 8th-order Chebyshev IMN.

Fig. 12. Fabricated PA using modified elliptic LPF OMN.

(b)
Fig. 10. Load impedance presented by modified elliptic LPF OMN at the
package plane (a) and the intrinsic current generator plane (b), respectively.

which are shown as downwards and upwards black triangle
dash lines, respectively. The third harmonic impedance
converges on the capacitive part near the short circuit point,
which is considered as a proper approximation to the ideal short
termination.
C. Realization of a Broadband Input Matching Network
Regarding the design of the input matching network (IMN),
the conventional Chebyshev LPF MN can be employed
because of the following two reasons. First of all, unlike the
output harmonic impedances, those of the input play a less
critical role in efficiency enhancement. Thus, the fundamental
source impedance is the priority and the second harmonic
impedance can be neglected when designing the IMN.

Secondly, for this specific 10 W transistor, its fundamental
source impedance has a very small real part around 5 Ω over the
band of interest, which gives rise to a large impedance
transformation ratio. Hence, to guarantee a precise impedance
matching across the band of interest, an 8th-order Chebyshev
LPF MN was employed as the IMN of the proposed PA, as
displayed in Fig. 11.

IV. IMPLEMENTATION AND MEASUREMENTS
To verify the proposed approach, a broadband PA was
fabricated as shown in Fig. 12. By employing Cree’s six-port
large signal model, it is possible to study the intrinsic
waveforms in ADS prior to measurement. Fig. 13(a)-(c) show
the simulated voltage and current waveforms at the intrinsic
current generator plane, when the proposed PA was stimulated
by CW signals at 1.5, 2.0, and 2.5 GHz, respectively. As can be
seen from Fig. 13(a), the proposed PA generates a standard
inverse Class-F mode waveform at 1.5 GHz with a
half-sinusoidal voltage and a square-wave current. At 2.0 GHz
and 2.5 GHz, the current waveforms were slightly differed from
the ideal one but still conformed to the family of the CCF-1
mode waveform.
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(a)
Fig. 14. Measured and simulated output power and DE versus frequency from
1.35 to 2.55 GHz.

(b)

Fig. 15. Measured gain and DE versus output power at 1.55, 1.84, 2.14, and
2.4 GHz, respectively.
TABLE I

Broadband PAs Comparison with CW Signal

(c)
Fig. 13. Intrinsic voltage and current waveforms. (a) at 1.5 GHz. (b) at 2.0
GHz. (c) at 2.5 GHz.

To evaluate the performance of the implemented PA for
various applications, different types of measurements were
carried out as follows.
A. Measurement Results with CW Signal
At first, a CW signal was employed as the stimulus to the
proposed PA from 1.35 to 2.5 GHz. Fig. 14 depicts the
measurement results, in terms of drain efficiency and output
power, as well as the simulated results. It can be seen that the
DE maintained higher than 68% between 1.35 GHz and 2.5
GHz giving a fractional bandwidth of 60%. The maximum DE

Ref

BW
(GHz)/(%)

Gain
(dB)

Power
(W)

DE
(%)

[7]

1.9-4.3/78

9-11

10-15

57-72

[9]

1.3-3.3/87

10-13

10-11

60-83

[10]

2-3.5/54.5

≈13

11.2-16

64-76

[13]

1.7-2.8/49

14.4-15.3

10.5-19.5

61-81

[14]

1.45-2.45/51

10-12.6

11-16.6

70-81

[15]

0.9-3.2/112

10-14

9-20

52-85*

This
1.35-2.5/60
15.2-17
12.5-18
Work
*
Only power-added efficiency was provided in [17].

68-82

of 82% was measured at 1.6 GHz. In general, the output power
remained in the range of 41.1 dBm to 42.5 dBm over the entire
desired band.
The measured DE and gain versus output power at four
commercially-used frequency bands (1.55, 1.84, 2.14 and 2.40
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Fig. 16. Linearization platform for 20-MHz LTE signal.

(a)

(b)
Fig. 17. Measured ACLRs at ±20 MHz offset and DE versus frequency from
1.4 to 2.5 GHz with an average output power about 34.5 dBm.

GHz) are demonstrated in Fig. 15. It can be seen that the 3 dB
gain compression points at all four frequencies are over 41.2
dBm, and the fluctuation of the small signal gain between the
different frequencies is less than 1.5 dB. For the lower two
frequencies, their maximum DEs are higher than 75%, while
the peak DEs at the other two frequencies are 69.5% and 68 %,
respectively.
The proposed PA was compared with other published
broadband PAs, as shown in Table I. Although the proposed
design did not provide an operating bandwidth as broad as
those in [7], [9], and [15], it is worth noting that those three
designs either forfeited second harmonic control or transferred
PA modes, leading to a lower DE and a smaller saturated output
power. Compared with [10], [13], and [14], the proposed PA
exhibited a greater fractional bandwidth with a higher gain, a
larger output power, and a higher DE simultaneously. The high
performance of the proposed MN can be mainly attributed to its
ability to maintain the CCF-1 mode over a larger bandwidth, due
to its more accurate realization of the theoretical fundamental
and the second harmonic impedances.
B. Measurement Results with 20-MHz LTE Signal
To verify the capability of the fabricated PA to linearly
amplify modulated signals, a measurement platform is set up
that includes a vector signal generator (Keysight E4438C), a
spectrum analyzer (Keysight E4445A), and a PC running
MATLAB software, as shown in Fig. 16. The baseband signal
was first generated in the computer, then up-converted to RF by

(c)

(d)
FiFig. 18. Measured spectra for a 20 MHz LTE signal with and without DPD at
an average output power of approximately 34.5 dBm. (a) at 1.55 GHz. (b) at
1.84 GHz (c) at 2.14 GHz (d) at 2.40 GHz.

the E4438C, pre-amplified by a broadband driver, and finally
sent to the device under test (DUT). On tshe feedback loop, the
output signal of the proposed PA was captured,
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TABLE II

Linearity Performance for 20 MHz LTE Signal
Frequency
(GHz)
Without
DPD
ACPR
(dBc)
With
DPD
Without
DPD
EVM
(%)
With
DPD
Output Power
(dBm)
Drain Efficiency
(%)

1.55

1.84

2.14

2.40

-26.5/-26.4

-29.3/-28.7

-28.9/-28.7

-27.4/-27.6

-46.4/-45.2

-47.8/-47.9

-47.3/-47.6

-48.0/-49.0

15.9

10.9

11.4

13.8

1.5

1.2

1.1

1.1

34.6

34.5

34.3

34.3

37

45.8

37

42
Fig. 20. Measured ACLRs at ±20 MHz offset for both WCDMA and LTE
signals and measured average efficiency versus output power at 2.14 GHz.

Fig. 19. Linearization platform for 100-MHz dual-band dual-mode signal.

down-converted, and sent to the PC for DPD model extraction
and signal processing by the E4445A.
A 20-MHz LTE signal with a peak-to-average power ratio
(PAPR) of 7.0 dB was used when the frequency was being
swept from 1.4 to 2.5 GHz with a step of 100 MHz. As shown
in Fig. 17, the average efficiency (AE) was greater than 35%,
up to 46% at 1.8 GHz, with an output power of approximately
34.5 dBm over the band of interest. Besides, the adjacent
channel leakage ratio (ACLR) at ±20-MHz offset fluctuated
from -26 to -32.5 dBc.
Linearization with DPD was undertaken at 1.55, 1.84, 2.14,
and 2.4 GHz with an output power of 34.5 dBm, respectively.
Since the AM/AM and AM/PM characteristics of the tested PA
showed expansion effects in the low amplitude region but
compression effects in the high amplitude region, the piecewise
decomposition technique [19] together with the 2nd order
dynamic derivation reduction (DDR) DPD technique [20] are
employed to build the DPD model. The nonlinear order and
memory depth were set as [7, 7] and [5, 5], respectively. The
normalized decomposition threshold was set to 0.5. The
measured spectrums with and without DPD are displayed in Fig.
18. At all four frequencies, ACLRs without DPD at ±20 MHz
offset varied in the range of -26.4 to -29.3 dBc. After
linearization, ACLRs were substantially reduced to at least
-45.2 dBc, as listed in Table II. Variations of the EVMs at four
frequencies before and after DPD are summarized in Table II,
revealing the significant improvement of linearity brought by
DPD. It is worth noting that AEs in four cases were greater than
37%, up to 45.8% at 1.84 GHz.

Fig. 21. Measured spectra for the dual-band dual-mode modulated signal
with and without DPD at an average output power of 34.2 dBm.

C. Measurement Results with 100-MHz Dual-Band
Dual-Mode Signal
To further examine the performance of the implemented PA
with linearization, a dual-band dual-mode modulated signal
consisting of a 20-MHz four-carrier WCDMA signal and a
20-MHz single-carrier LTE signal with a frequency spacing of
60 MHz and a PAPR of 9.2 dB was utilized for excitation.
Since linearization platform in Fig. 16 can’t handle such a
wideband signal, the following measurements and the DPD
validation were conducted in the platform designed in [21], as
shown in Fig. 19. On the transmitter chain, the baseband signal
source was generated in MATLAB and sent to a baseband
board for digital signal processing. Then, an RF board was
employed to transform the baseband signal into the analog
domain and up-convert to 2.14 GHz with proper power level.
Finally, the RF signal was fed to the DUT. On the receiver side,
the feedback loop was utilized to capture the output signal of
the DUT, down-convert it to the digital baseband, and
eventually send it to the PC for further processing. Further
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TABLE III

Broadband PAs Comparison with Modulated Signals
Ref

Signal Type

Signal BW
(MHz)

AE
(%)

BOP*
(dBm)

ACLR with
DPD (dBc)

[7]

LTE

20

27†

11

-44

[9]

16 QAM

0.3

44

4.5

-32††

100

37.8

7.5

-48

100

30.5

9

-46.0

40

46

6.5

-49.7

[10]
[13]
[14]
[15]
This
Work

LTEadvanced
LTEadvanced
LTE

†

7

-45.5

7

-47.9

7.5

-46.1

WCDMA

5

25.6

LTE

20

45.8

Dual-Band
100
37
Dual-Mode
* Back-off power.
† Only power-added efficiency was provided.
†† Only ACLR without DPD was provided.

details of the measurement platform can be found in [21]. As
the bandwidth of the modulated signal in this case was
extended to 100 MHz, the band-limited technique [22] and the
piecewise 2nd order DDR model used in the former case were
combined here to further optimize the linearization results. The
nonlinear order and the memory length were again set to [7, 7]
and [5, 5], respectively. The normalized piecewise
decomposition threshold was again set to 0.5, and the
bandwidth of the band-limited function was set to 140 MHz.
In Fig. 20, the measured ACLRs at ±20 MHz offset and the
average efficiency versus output power are displayed. As it can
be seen, with the increment of output power from 28.5 to 34.2
dBm, the AE gradually increases to 37%, while ACLRs of both
signals at the ±20 MHz offset degrade slowly, falling between
-29.4 and -32 dBc without linearization.
Driven by the same signal, the fabricated PA was linearized
at 2.14 GHz when supplying an output power of 34.2 dBm and
an AE of 37%. In Fig. 21, the ACLRs lower than -46.1 dBc at
±20-MHz offset for both signals can be achieved. Finally, a
detailed comparison of the performance of the proposed PA
under the stimulus of modulated signals with other existing
broadband PAs is given in Table III. In a nutshell, the
implemented PA exhibits the potential of to linearly amplify
modulated signals under different scenarios with decent
efficiency.

representing a 60% fractional bandwidth.
Together with DPD, the proposed PA exhibited its capability
to linearly amplify a 20 MHz LTE signal with an average
efficiency ranging from 35 to 46% at an average output power
around 34.5 dBm over the entire band of interest. Stimulated by
a dual-band dual-mode modulated signal at 2.14 GHz, the
proposed PA generated an average efficiency of 37% at output
power of 34.2 dBm while restricting ACLR to below -46.1 dBc.
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